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ARTICLE INFO ABSTRACT

This paper discusses the operation, design guidelines, and control strategies of the bidirection-
al dual-active bridge (DAB) converter with single-phase-shift (SPS) modulation. Some key 
issues, such as steady-state analysis, average values, output voltage ripples, and soft-switching 
operations, are also addressed in detail. The operation modes are individually investigated for 
heavy and light load conditions, and the boundary load conditions that will maintain the con-
verter in the soft-switching region are derived. The output ripple analysis is conducted only 
under heavy load conditions for each operation mode. Some practical considerations are pre-
sented for design procedures. The transformer turn ratio trade-offs are discussed to configure 
the zero-voltage switching (ZVS) operating range as well as characterize the root-mean-square 
(RMS) current level. Simple design guidelines are proposed for the best design that allows 
the converter to operate in the ZVS region as much as possible in case of a wide input voltage 
range. This study further discusses five different PI-based control strategies, namely tradition-
al voltage loop control, load current feedforward control, enhanced model-based phase-shift 
control, basic direct power control, and virtual direct power control. To be used in simulation 
studies, an exemplary converter with 50W rated power that steps down the input voltage of be-
tween 36V and 60V to 5V is designed. All theoretical analyses are confirmed by the simulation 
results of the designed converter. Similarly, the control strategies are tested for three different 
operating scenarios through the designed converter. The results are evaluated in terms of the 
transient and steady-state responses. A comparative analysis of control strategies is presented, 
and the scheme that exhibits the best performance is determined.
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INTRODUCTION

The dual-active bridge (DAB) converter was first intro-
duced in the early 1990s [1]. Nowadays, it has become an 
indispensable part of most industrial dc-dc power conver-
sion systems. High power density, zero-voltage switching 
(ZVS), bidirectional power flow, voltage matching, and 
galvanic isolation are the most important capabilities that 
make it prominent in the next generation of dc-dc power 
conversions. Compared to other isolated topologies, DAB 
converter has now become a very popular topology, espe-
cially for distributed generating systems [2-5], energy con-
version [6-9], and storage applications [10-13].

The most attractive way to control the DAB converter 
is to use phase-shift modulation techniques. The first 
phase-shift modulation was presented when the DAB 
converter was proposed in [1]. This is called conventional 
single-phase-shift (SPS) modulation in literature. The per-
formance characteristics of the DAB converter under SPS 
control are examined in [14]. In this study, the regions 
of soft-switching for both bridges are identified, and the 
impacts of parasitic elements on the regions are also dis-
cussed. More detailed analyses on the converter are con-
ducted in [15-18]. The paper in [16] details the operation 
modes of the DAB converter with SPS control according to 
load conditions (light and heavy load) and derives the math-
ematical expressions for each possible operation modes. 
Some key analyses are also made on voltage ripple, dead-
band effect, and safe operating area (SOA). In [19], several 
practical considerations, such as switches capacitance, dead 
time, series inductance design, and input/output voltage 
variation, are considered to fully analyze the ZVS range 
of the converter. Different purpose design strategies and 
techniques to improve the performance of the DAB con-
verter with SPS control are presented in [20]. The study 
proposes two different design approaches to increase the 
soft-switching operation range and to improve efficiency at 
full load. Moreover, some modifications that can be made 
to improve the performance of the converter are also men-
tioned. Using the SPS modulation method, it is quite diffi-
cult to remain the converter in the ZVS region at different 
voltage conversion ratios over the entire power range. The 
ZVS range of the converter will narrow as the voltage con-
version ratio moves away from unity and will even disap-
pear completely for light load conditions. Moreover, power 
flow control is dependent on the leakage inductance of the 
transformer, leading to high-circulating power when the 
voltages on both sides of the transformer are mismatched 
[21,22]. This causes both root-mean-square (RMS) and 
peak currents to increase. The above troubles boost power 
losses and adversely affect the efficiency of the converter. 
In recent years, to tackle these challenges and improve 
converter efficiency, some typical phase-shift modulation 
methods, such as Dual-Phase-Shift (DPS) modulation [23], 
extended-phase-shift (EPS) modulation [2,24], and triple-
phase-shift (TPS) modulation [25] have been proposed. 

Compared with the SPS modulation, these include multi-
ple modulation parameters, which increase the degree of 
freedom in the control. The TPS modulation is general 
since it has three control freedoms, and the DPS and EPS 
modulations with two degrees of freedom are considered as 
the special cases of that [22]. Multiple degrees of freedom 
allow the converter to reduce the current stress, extend 
the ZVS operating range, and decrease the reactive (back-
flow) power [21,22,26]. Therefore, the TPS modulation can 
typically exhibit better performance in power efficiency 
than others [22,26]. The necessity to determine multiple 
modulation parameters brings several difficulties in their 
analysis and control process. To this end, many efficiency 
optimization strategies are combined with the DPS, EPS, 
and TPS techniques to determine the modulation param-
eters. The optimal modulation schemes recently intro-
duced have made the converter operate with minimized 
RMS current [27-29], reduced conduction losses [30] and 
power losses [24,31-33], decreased current stress [34-36], 
and minimized reactive power [23,37]. Moreover, some 
of these studies have combined soft switching optimiza-
tion with RMS current minimization [27,28] and reactive 
power reduction [37] to extend the ZVS operation range. 
However, all these schemes suffer from complex calcula-
tions and a high computational burden. This means that 
real-time implementations will become quite challeng-
ing, especially for the TPS modulation. As a way to solve 
the realization difficulty, most schemes [26,28,31] utilize 
lookup tables (LUTs) which store the modulation param-
eters optimized in advance under different operating con-
ditions. To extract the modulation variables in practice, the 
current operating conditions are first detected, and then 
these LUTs are searched. This situation results in low accu-
racy and unsatisfactory modulation performance due to 
the inherent discrete outputs of LUTs [33,34]. As another 
solution, some researchers have developed artificial intelli-
gence-based approaches, such as neural network and fuzzy 
inference system [33,34], deep reinforcement learning [32], 
data-driven [36] and augmented Lagrangian method [37]. 
Such techniques enable online calculations in determining 
the optimum modulation variables and come to the fore in 
the context of low computation and automating the control 
process. Despite the benefits of more than one degree of 
freedom offered by DPS, EPS, and TPS modulation tech-
niques, SPS modulation still remains relevant, especially 
for applications that prioritize simplicity and cost-effective-
ness. The rationale underlying this claim can be expressed 
as the modulation process being less complex and easier to 
implement.

The most primitive and traditional methods for the con-
trol of the DAB converter are single-loop voltage or current 
feedback control schemes. Voltage mode control is used to 
regulate the output voltage in case of unidirectional power 
flow. Current mode control is preferred to regulate bidi-
rectional power flow between two sources. The dynamic 
performance of both two traditional methods under load 



Sigma J Eng Nat Sci, Vol. 44, No. 3, pp. 1646−1673, June, 20261648

changes is quite poor. Therefore, this situation has caused 
many researchers to focus on advanced control schemes 
to enhance the dynamic response and static performance 
of the converter. In [38], to increase the stability margin of 
voltage mode control, a linearized control method has been 
proposed. In this control, unlike the traditional scheme, a 
linearization operator is used. Thus, by eliminating or com-
pensating the nonlinear terms between the output current 
and the phase shift ratio, the sensitivity of the stability of 
the voltage mode control to the load condition is reduced. 
The voltage mode control has also been improved by using 
an inner current loop in addition to the outer voltage loop. 
This is also called average current control (ACC), and it is 
generally used to control the current in any circuit branch 
[39]. In this scheme, when the output current is fed back, 
not only the output power can be directly controlled but 
also overcurrent protection can be provided. However, in 
some studies, the feedback current for the DAB converter 
is also taken as the secondary side bridge current [40,41], 
the output load current [41], the active component of the 
transformer leakage inductance current [42], or the out-
put LC filter current [43,44]. The two-closed loop control, 
like voltage mode control, exhibits slow transient responses 
during load changes. The reason for this is clarified as 
a result of the analyses made in [41] and it is stated that 
it is due to the high closed-loop output impedance. Load 
current feedforward (LCFF) controls have been proposed 
in [40,41,45] to reduce the closed-loop output impedance 
and thus accelerate the load step response. As an alterna-
tive to voltage mode control, a model-based phase shift 
(MPS) control has been presented in [46,47] for the con-
verter feeding a resistive load. The MPS control is based on 
directly calculating the desired phase-shift ratio, and thus 
it requires both estimating the load resistance online and 
measuring the load current and input voltage accurately. In 
general, it is quite sensitive to the converter parameters and 
exhibits relatively poor dynamic responses to load changes. 
To improve the overall performance of the MPS control, 
a PI controller has been adapted to this scheme [47], and 
it was called enhanced-MPS (e-MPS) control. Recently, 
direct power (DP) control, which is widely used in renew-
able generation systems, is emerging as an effective method 
to achieve robust dynamic response. In the DAB convert-
ers, the DP control has been developed in different ways 
using the relationship between the transferred power and 
the phase shift ratio. The common goal is to ensure that the 
converter reaches the desired output power quickly. Basic 
DP control is presented in [48,49] for the DAB converter. 
As in the e-MPS control, the basic scheme is dependent 
on the converter parameters, and it is also necessary to 
feed forward the load current and input voltage precisely. 
A different approach to DP control is proposed in [50]. In 
this method, defined as virtual DP (VDP), the necessity of 
using converter parameters to calculate the desired phase 
shift ratio is eliminated, but it still requires feedforward. 
All the control schemes outlined above use traditional 

PI controllers to deal with input voltage fluctuations and 
load variations. Thus, this study has referred to them as 
PI-based control schemes. In recent years, superior con-
trol strategies to PI-based control schemes have also been 
proposed, such as model predictive control [51-53], sliding 
mode approaches [54-56], and disturbance observer-based 
control [57-59]. These advanced control methods are more 
robust to disturbances in input voltage and load variation, 
model uncertainty, and circuit parameter variations when 
compared to PI-based schemes. However, they are quite 
complex to implement and require a small signal model of 
the converter for their design. A comprehensive review of 
advanced control methods is presented in [60]. This study 
discusses five different control strategies based on conven-
tional PI controller. The reasons for focusing on PI-based 
control schemes are as follows: (i) their implementation 
cost and complexity are low, (ii) they do not require a small 
signal model of the converter for their design, (iii) they are 
widely used since they can be easily designed in the time 
domain, (iv) controller parameters can be adjusted by the 
trial-and-error method, and also metaheuristic optimiza-
tion algorithms are easy to apply in parameter tuning.

The main contributions of this paper are:
(i)	 A comprehensive analysis is presented for the DAB 

converter with SPS control. This study has a comple-
mentary nature to previous studies.

(ii)	 Some practical considerations are discussed regard-
ing design procedures. Based on the turn ratio trade-
offs, a simple guide is proposed to the designers for 
their design, especially in a wide input voltage range. 
It allows the converter to operate in the ZVS region as 
much as possible over a wide power range.

(iii)	 This study comprehensively discusses five different 
PI-based control strategies. A detailed comparative anal-
ysis on the transient and steady-state responses of these 
strategies is presented, and the control scheme that gives 
the best dynamic and static performance is determined.

The paper is organized into six sections. In Section 2, 
the basic operation principle of the DAB converter is briefly 
examined. Besides, the steady-state analysis of the converter 
is carried out, and some mathematical derivations are made 
on the average values, output voltage, and output voltage 
ripple. At the end of this section, the regions of soft-switch-
ing for both bridges are shortly discussed. Some practical 
design considerations and guidelines are given in Section 
3. In Section 4, PI-based control strategies are explained in 
detail. The simulation results are given in Section 5, and the 
drawn conclusions are evaluated in Section 6.

DUAL-ACTIVE BRIDGE CONVERTER

Basic Operation Principle
The simplified circuit diagram of a single-phase DAB 

converter is shown in Figure 1(a). It typically consists 
of two full bridges interfaced through a high-frequency 
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transformer. The inductor L is usually defined as the sum 
of the auxiliary inductor in series with the transformer 
and the leakage inductance of the transformer itself. The 
transformer allows a high voltage conversion ratio when its 
turn ratio is set appropriately, as well as providing galvanic 
isolation. The power flow between two full bridges is bidi-
rectional in the presence of an active load, and conceptu-
ally, it is similar to the power transmission in a traditional 
AC power system. This analogy is depicted in Figure 1(b), 
where all quantities are referred to the primary side.

Fundamentally, the DAB converter can be easily con-
trolled using conventional SPS modulation. In this scheme, 
there is a certain phase-shift between the gate signals of two 
bridges, and all switches operate at constant pulse width 
with a 50% duty cycle. Figure 2 illustrates the basic theo-
retical waveforms of the converter for the main operation 
mode (V1 = NV2) under SPS control. As seen in Figure 2, 
the primary and secondary voltages of the transformer are 
high-frequency square waves, which are out of phase, and 
the primary voltage is in leading phase relative to the sec-
ondary one. Therefore, power is delivered from the primary 
side bridge towards the other, which is referred to as for-
ward power flow. The direction of power flow and magni-
tude can be controlled by adjusting the sign and value of the 
phase-shift between two bridges properly.

The DAB converter can further operate in two distinct 
modes other than main operating mode. In general, these 
are defined based on the following voltage conversion ratio:
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Figure 1. (a) Simplified circuit diagram of the DAB converter. (b) Equivalent schematic of the DAB converter with phase-
shift control. (N = np⁄ns is the turn ratio of the transformer, and vś , iś  are quantities reduced to the primary side.).
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Figure 2. Basic theoretical waveforms for main operation 
mode (V1 = NV2) under SPS control, where Ts = 1 ⁄ fs and fs 
is the switching frequency.
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(1)

where m < 1, m = 1, and m > 1 represent buck (V1 > NV2), 
main (V1 = NV2), and boost (V1 < NV2) operation modes, 
respectively. Similar theoretical waveforms for m < 1 and 
m > 1 are presented in detail under different load condi-
tions in Figure 3 and Figure 4. It is seen that the inductor 
current for m = 1 is always trapezoidal regardless of load 
conditions, and yet it varies with light and heavy load con-
ditions for m < 1 and m > 1. The analysis of the inductor 
current is quite significant in obtaining some important 

mathematical derivations, and it will be discussed in more 
detail for all possible operating modes by performing the 
steady-state analysis in the next subsection.

Steady-State Analysis
To simplify the steady-state analysis, the following assump-

tions are made: (i) the winding resistances and magnetizing 
inductance of the transformer are neglected, (ii) all semi-
conductor devices are ideal, that is the parasitic and snubber 
capacitance are ignored, (iii) the dead-time effect and switch-
ing dynamics are neglected, (iv) all quantities are addressed to 
the primary side of the transformer. Under these assumptions, 
four different segments in the inductor current occur during 
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Figure 3. Basic theoretical waveforms for buck operation mode (V1 > NV2 or m < 1) under (a) heavy, (b) boundary, and 
(c) light load conditions.
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Figure 4. Basic theoretical waveforms for boost operation mode (V1 < NV2 or m > 1) under (a) heavy, (b) boundary, and 
(c) light load conditions.
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only one switching period, as shown in Figure 2, Figure 3, and 
Figure 4. In each segment, the difference between the primary 
and secondary voltages of the transformer appears across the 
inductor, and since  for ∆t → 0, the slope of the induc-
tor current can be approximated by

	 	
(2)

where ∆iL is the change of the current in the related seg-
ment and ∆t is the time interval of this segment. With this 
approach, the change in inductor current is assumed to be 
linear over the interval ∆t. Consequently, when only con-
cerning the waveforms in Figure 3(a), the inductor current 
analysis is realized as follows:

Segment 1 [t0, t1]: The inductor current increases from 
a negative initial value iL(t0) < 0 to a positive value iL(t1) > 0 
throughout this segment. The time interval is equal to ∆t = tφ, 
and also the voltage across the inductor is vL = V1 + NV2. Hence, 
the inductor current increment ∆iL is defined from Eq. (2) as

	 	
(3)

where iL (t0) and iL (t1) are the inductor current values at 
the instant of t0 and t1, respectively. tφ is the phase-shift in 
times.  and ϕ is the phase-shift angle, 0 < ϕ < π/2.

Segment 2 [t1, t2]: The inductor current continues to 
increase linearly during this segment up to a positive peak 
value iL(t2) > 0, where . Since the inductor volt-
age is vL = V1 + NV2, the current increment is

	 	 (4)

where iL(t2) is the inductor current value at the instant of t2. 
Ts = 1 ⁄ fs and fs is the switching frequency.

Segment 3 [t2, t3] and 4 [t3, t4]: Due to the half-wave 
symmetry of the operation, it is sufficient to deduce the 
equations of the inductor current for only a half cycle. 
However, using a similar analysis to the one described in 
the previous two segments (1 and 2), these can be obtained 
for the remaining segments (3 and 4) as

	 	
(5)

	 	
(6)

where iL (t3) and iL (t4) are the inductor current values at the 
instant of t3 and t4, respectively. On the other hand, given 
the symmetrical waveform of the current, the following 
definitions are made:

	 	
(7)

where I1 and I2 are the instantaneous values of the inductor 
current the instant that two full bridges are switched. After 
some algebraic manipulations using Eqs. (3), (4), and (7), I1 
and I2 can be obtained as

	 	
(8)

	 	
(9)

where d = ϕ / π is the phase-shift ratio.
Main Operation Mode (m = 1): As seen in Figure 2, the 

two instantaneous values of the inductor current are equal 
to each other, I1 = I2. Thus, since V1 = NV2 for this mode, 
this can be calculated using Eq. (8) or (9) as

	 	
(10)

Buck Operation Mode (m < 1): In this mode, as 
deduced from Figure 3, the relationship between the two 
instantaneous values of the inductor current can be written 
as I2 > I1. Depending on the load conditions or the aver-
age transferred power, I2 is always a negative value at the 
beginning of the switching cycle, but I1 can be a positive or 
negative value at the end of the first segment; I1 > 0 and I1 < 
0 for heavy and light loads, respectively. The boundary load 
condition results when I1 = 0. Hence, considering Eq. (8) 
with I1 = 0, we obtain

	 	
(11)

where ϕbuck is the phase-shift angle for the boundary load 
condition of buck mode. Besides, by substituting Eq. (11) 
into Eq. (9), the instantaneous value I2 in Figure 3(b) can 
be calculated as

	 	
(12)

Table 1. Phase-shift angles depending on the load conditions for each operation mode

Load Conditions

Operation Mode Heavy Boundary Light
Buck (m < 1) ϕ > ϕbuck ϕ = ϕbuck ϕ < ϕbuck

Boost (m > 1) ϕ > ϕboost ϕ = ϕboost ϕ < ϕboost
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It is noted that Eq. (12) holds for only the boundary 
phase-shift angle, ϕ = ϕbuck. Eqs. (8) and (9) still represent I1 
and I2 for other conditions, ϕ > ϕbuck and ϕ < ϕbuck.

Boost Operation Mode (m > 1): Similar definitions 
above could be performed for the boost operation mode. 
As given in Figure 4, the difference is that the relationship 
is I1 > I2, and I2 emerges as I2 < 0 and I2 > 0 at the beginning 
of the switching cycle under heavy and light loads, respec-
tively. The boundary load condition occurs this time for I2 
= 0. Hence, considering Eq. (9) with I2 = 0, we obtain

	 	
(13)

where ϕboost is the phase-shift angle for the boundary load 
condition of boost mode. In addition, the substitution of 
Eq. (13) into Eq. (8) results in

	 	
(14)

It is noted that Eq. (14) holds for only the boundary 
phase-shift angle, ϕ = ϕboost. Eqs. (8) and (9) still represent 
I1 and I2 for other conditions, ϕ > ϕboost and ϕ < ϕboost. Table 
1 summarizes the phase-shift angles depending on the load 
conditions for each operation mode.

Average Values
The output current of the secondary side bridge is a rec-

tified version of the inductor current, as shown in Figure 2. 
Due to the symmetry of the inductor current, the average 
output current is derived for a semi-period as

	 	
(15)

where I̅2́ denotes the average of the output current, and 
Ashaded is the sum of the shaded areas given in Figure 2. 
Then, Ashaded can be calculated by

	 	 (16)

and substituting Eq. (10) into Eq. (16), the average output 
current I̅2́ is

	 	
(17)

Hence, the average output power is

	 	
(18)

On the other hand, assuming all losses are neglected, 
the average supplied power is equal to the output power, 
that is P1 = P2 or V1 I̅1́  = V 2́ I̅2́. Then, the average supplied 
current I̅1́ is obtained as

	 	
(19)

The above analysis was performed for the main opera-
tion mode (m = 1). The given average expressions can also 
be reached on the basis of the waveform of i2́ for the buck 
(m < 1) or boost (m > 1) modes. The shaded areas in Figure 
3(a) and Figure 4(a) constitute the data used to obtain the 
same average values.

The average expressions in Eqs. (17), (18), and (19) are 
actually for forward power flow. For both power flows, the 
unified expressions can be rearranged as follows:

	 	
(20)

	 	
(21)

	 	
(22)

where XL = 2πfsL and the phase-shift angle is 0 < ϕ < π/2 
and -π/2 < ϕ < 0 for forward and backward (reverse) power 
flow. Figure 5 illustrates the characteristic curves of out-
put power versus phase-shift angle for bidirectional power 
flow, where the voltage conversion ratio m was taken as a 
variable parameter. This shows that the output power and 
d = ϕ / π have a parabolic relationship, and accordingly, the 
nonlinearity of the output power will be more severe with 
an increasing value of d. The region of soft-switching for 
both bridges is also identified in Figure 5. For m = 1, the 
output power characteristic is enclosed by the soft-switch-
ing boundaries, and thus all devices can be operated under 
soft-switching in the full range of d. However, the control 
range is narrowed in the buck or boost operations, and 

Figure 5. Characteristic curves of output power versus 
phase-shift angle for different voltage conversion ratios.
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hard-switching may occur in some load conditions. The 
soft-switching region of operation of the DAB converter 
will be discussed in detail later.

Output Voltage
To express the output or load voltage, let us assume 

a simple schematic of the converter given in Figure 6(a), 
where a load resistor RL is attached to the output of the sec-
ondary side bridge instead of an active load. Unlike Figure 
1, the operation is now unidirectional, and the power flow 
is from the source to the passive load. In this circumstance, 
the output power for a fixed resistive load is defined as

	 	
(23)

and combining with Eq. (18), the load voltage can be 
expressed as

	 	
(24)

where Vo is the load voltage, and it can be considered con-
stant at steady-state when the output filter capacitor is 

chosen large enough to provide significant filtering of the 
switching ripples. Eq. (24) indicates that, for a particular fs, 
L, and V1, the output voltage is proportional to RL and has a 
parabolic relationship with d. Therefore, for a given RL, the 
output voltage reaches its maximum value when d = 0.5. 
Also, for a given d, the operating modes directly depend on 
the value of RL, and the main operation mode occurs when 
RL is equal to its boundary value. Using Eq. (24), the bound-
ary load resistance for NVo= V1 (m = 1) can be calculated by

	 	
(25)

where 0 < d < 0.5. Under heavy load conditions for d > ϕbuck 
/ π, when RL < Rbound, the buck operation occurs. Otherwise, 
the boost operation arises from RL>Rbound, in which d > 
ϕboost / π for heavy loads. As shown in Figure 6(a), the load 
current is io = i2 - iC. Assuming the peak-to-peak current 
ripple ∆Io is small enough to be neglected, then it means 
∆I2= ∆IC. Thus, the load current is also considered con-
stant, and Io = N I̅2́  or Io = Vo/RL. From Eq. (17) or (24), the 
load current is obtained as
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Figure 6. (a) Simplified circuit diagram used for load voltage and output ripple analysis. Current ripple in the output ca-
pacitor for (b) Buck (m < 1, ϕ > ϕbuck), (c) Main (m = 1), and (d) Boost (m > 1, ϕ > ϕboost) operation modes, where i ó is load 
current reduced to the primary side.
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(26)

The load current Io along with the output current i2 of 
the secondary side bridge and the capacitor current iC for 
each operation mode are shown in Figure 6(b), Figure 6(c), 
and Figure 6(d). Here, the output waveforms only for heavy 
load conditions are discussed.

Voltage Ripple Analysis
All switched-mode power supplies have an inherent 

switching phenomenon, which causes an undesired ripple 
in the load voltage. Generally, the voltage ripple is directly 
proportional to the total charge accumulated (or dis-
charged) across the output filter capacitor. The total charge 
corresponds to one of the positive or negative areas of the 
capacitor current in Figure 6.

For buck operation mode (m < 1), the voltage ripple is 
defined as

	 	
(27)

where ∆Vo,buck is the peak-to-peak voltage ripple, and ∆Qbuck 
is the total charge accumulated across Co. Considering the 
shaded areas in Figure 6(b), ∆Qbuck can be calculated by

	 	 (28)

where ta and tb are derived from Eqs. (4) and (5) as

	 	
(29)

	 	
(30)

and also, from Eqs. (8), (9), and (26), we obtain

	 	
(31)

	 	
(32)

Eventually, the rearrangement of Eq. (28) using the last 
equalities yields

	 	
(33)

where

Similarly, the ripple analysis for the other two operation 
modes should also be carried out individually because the 
total charge contained across Co is different in each mode. 
In this context, using the shaded areas in Figure 6(c) and 
Figure 6(d), the total charges are obtained as

	 	
(34)

	 	
(35)

Then, the peak-to-peak voltage ripples for m = 1 and 
m > 1 are

	 	
(36)

	 	 (37)

The voltage ripple is a significant parameter used to 
determine the output filter capacitor. In a well-designed 
converter, the output capacitor is chosen to keep the per-
centage ripple usually less than 1 - 2%. The percentage 
ripple is defined as , where Vo is the 
steady-state value of the load voltage. More details on the 
output capacitor selection will be presented under the 
Design Guidelines.

Soft Switching Operation
In the DAB converter, the switches on the same leg in 

both active bridges operate in a complementary manner 
(see Figure 2). Thus, to prevent a possible short circuit, 
a dead-time should be implemented during which both 
switches are turned off. Throughout this dead-time, the 
output parasitic capacitances of the switches that will be 
turned from off to on are discharged with the energy stored 
in the inductor, and the voltages across them drop to zero 
before they are turned on. The voltage across the switches 
being zero at the instant of turn-on is known as zero-volt-
age switching (ZVS). ZVS is a phenomenon that provides 
soft-switching transients and reduces switching losses. 
Examining the gate signals in Figure 2, ZVS for the second-
ary side bridge occurs during the transitions from segment 
1 to 2 and segment 3 to 4, while the primary side bridge 
executes it during other consecutive segments (segment 2 
to 3 and segment 4 to 1).
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As stated earlier, provided that m = 1, ZVS is maintained 
over an entire power range for both full bridges. However, 
when m is not equal to 1, and as the handled power is 
reduced (at light loads), the ZVS region narrows gradually. 
It may even disappear for certain values of m and d. For 
this reason, when m < 1 or m > 1, ZVS will be fulfilled only 
under the heavy load cases discussed previously. As can be 
easily deduced from Figure 3(a) and Figure 4(a), the ZVS 
conditions for the primary side bridge are

while for the secondary side bridge, they are

Due to the half-wave symmetry of the inductor current, 
the given conditions can be simplified to I2 > 0 and I1 > 0. 
From Eqs. (8) and (9), I1 and I2 can be rewritten as

	 	 (38)

	 	 (39)

where In = V1 ⁄ XL is the nominal base current. Hence, using 
Eqs. (38) and (39), the necessary conditions to ensure ZVS 
for the primary and secondary side bridges are respectively 
obtained as

	 	
(40)

	 	 (41)

These two conditions are depicted in Figure 7(a), where 
the bold curves enclose the region of operation of the DAB 
converter under ZVS. The x-axis represents the normalized 
output current and phase-shift angle (with different scales), 
while the y-axis represents the voltage conversion ratio. 
From Eq. (17), the normalized output current is given by

	 	
(42)

and

	 	 (43)

where R is the normalized load line. The intersection of the 
m and R lines gives the operating phase-shift angle ϕ. If this 
operating point is within the ZVS region, then the converter 
is expected to perform soft-switching. It is also seen from 
Figure 7(a) that ZVS will be satisfied only for certain values 
of m and  I̅́2, and the operation under ZVS will be more possi-
ble with an increasing value of output current (which implies 
higher power transfer) even if m is quite different from 1.

(a) (b) (c)

Figure 7. (a) Representation of the ZVS boundaries for the primary and secondary side full bridges. Influences of trans-
former magnetizing inductance (b) and device output capacitances (c) on the ZVS region of operation.
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Some parasitic elements affect the ZVS region of the 
converter. The parasitic elements that have the most dom-
inant effect are transformer magnetizing inductance and 
switch output capacitances. The above analysis was per-
formed under the assumption that the magnetizing induc-
tance is infinite and the output capacitances are neglected. 
Therefore, these ZVS boundaries are ideal curves and can-
not always guarantee ZVS operation. An investigation into 
the influence of the parasitic elements on the ZVS region is 
presented in [14,20]. Based on these studies, the given con-
ditions in Eqs. (40) and (41) to achieve ZVS in both bridges 
can be rearranged as

	 	
(44)

	 	
(45)

where the transformer magnetizing inductance is defined 
as Lm = K × L and K ≥ 1. ILmin is the minimum inductor cur-
rent required to ensure ZVS, that is I1 and I2 should always 
be higher than ILmin. It is described as

and the normalized ILmin is

where Coss is the switch output capacitance. Finally, the nor-
malized output current is now expressed as

	 	
(46)

Using Eqs. (44), (45), and (46) and for Coss ≈ 0 or ωn≈ 
∞, the influence of magnetizing inductance on the ZVS 
region is depicted for different K values in Figure 7(b). The 
extreme values of Lm are obtained for K = 1 and K = ∞. It is 
seen that the ZVS region widens as K decreases. Although 
the low magnetizing inductance seems to be an advantage, 
this causes the transformer utilization factor (TUF) to 
decrease. Nevertheless, K can be used as a trade-off mech-
anism to achieve efficient voltage conversion, especially 
under very light loads. Similarly, for K ≈ ∞, the influence 
of output capacitances on the ZVS region is depicted for 
different ωn values in Figure 7(c). It shows that decreasing 
ωn (increasing output capacitance) narrows the ZVS region. 
This is because the minimum current required to ensure 
ZVS rises as the capacitance value increases. Obviously, a 
good designer can keep the converter in the ZVS region by 
determining an appropriate inductor under certain operat-
ing conditions.

PRACTICAL DESIGN CONSIDERATIONS

Design Guidelines
The main design parameters are taken as the input and 

output voltages and the maximum power. The switching 
frequency is another known parameter, and its optimum 
value is chosen in line with the maximum volume and total 
loss limits of the converter. Taking these given parameters 
into consideration, the turn ratio N, inductor L, and output 
filter capacitor Co need to be determined, respectively.

Two different design strategies have been presented 
in [20]: the first approach aims to increase the ZVS oper-
ating range to achieve good efficiency over a wide power 
range, and the second one aims to increase the converter 
efficiency at full load. In both approaches, the input voltage 
is considered constant, and how to calculate the inductance 
value that allows maximum power transfer is explained. A 
design procedure is not, nevertheless, presented for select-
ing the output capacitor. In this study, the first strategy is 
followed, and differently from [20], the proposed design 
steps address critical parameter selections in determining 
the inductance value for variable input voltage. The design 
equations for the output filter capacitor are also presented. 
The basic requirements for exemplary design are given in 
Table 2. Our example is set up on a 50W converter whose 
input voltage varies in the range of 36V < V1 < 60V. The 
output voltage is assumed to be constant and is selected as 
V2 = 5V. A simple design procedure for a wide input voltage 
range can be given as follows:

Table 2. Main requirements of the DAB converter to be de-
signed

Parameter Symbol Value Unit
Input voltage V1min

V1max

36
60

V

Output voltage Vo 5 V
Rated power P2max 50 W
Rated output current Iomax 10 A
Switching frequency fs 50 kHz
Maximum phase-shift ratio dmax 0.4 -
Peak-to-peak voltage ripple ∆Vo 100 mV

Table 3. Calculated circuit parameters for the designed 
DAB converter

Parameter Symbol Value Unit
Transformer turn ratio N 9.6 -
Total inductance value L 82.944 μH
Output filter capacitance value Co 711.11 μF
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Step 1: Calculation of N transformer turn ratio.
As seen in Figure 7(a), an ideal design can be realized 

for m = 1 when the input voltage is constant. This is because 
the converter always remains in the ZVS region for the 
entire power range. However, if the input voltage is consid-
ered to vary between two distinct extremes, then operating 
points other than m = 1 also occur. To achieve an efficient 
conversion over a wide power range, the value of m should 
be kept close to 1. Thus, to determine the turn ratio, the 
input voltage can simply be taken as the arithmetic average 
of two extreme points, i.e. . Then, the turn 
ratio is calculated for V1

* = 48V. Using Eq. (1), we obtain

	 	
(47)

The calculated turn ratio N* = 9.6 causes the converter to 
operate in boost mode for the input voltage range 36V < V1 
< 48V while the buck operation mode occurs for 48V < V1 
< 60V. In this context, the voltage conversion ratio changes 
in the range of 0.8 < m < 1.333. The designer can modify the 
value of N* to boost the converter efficiency according to 
the operating conditions. It will be discussed in detail later 
in the next subsection.

Step 2: Calculation of L inductance value.
To ensure ZVS over a wide power range, as much energy 

as possible should be stored in the inductor; hence, the 
value of L should be as high as possible. The phase-shift 
ratio should also be selected high to increase the ZVS oper-
ation range on the one hand and to allow maximum output 
power on the other. From Eq. (18), the maximum value of 
L can be calculated as

	 	
(48)

where V1 is taken as V1min to prevent an increase in the 
RMS and peak currents of the converter. Theoretically, the 
highest value of d is 0.5, but dmax is never chosen as 0.5. To 
establish a linear relationship between the phase-shift ratio 
and the output current or voltage, dmax is taken as 0.4 or 
even 0.35. Consequently, the maximum of L is calculated 
as 82.944μH.

Step 3: Calculation of Co filter capacitance value.
As stated previously in the output ripple analysis (for 

a resistive load), the minimum value of the output filter 
capacitor that will allow the desired ripple voltage is cal-
culated as

	 	
(49)

It is known that the converter can operate in either 
buck, main, or boost operation modes depending on the 
selected turn ratio N* and the input voltage range. The pur-
pose of the design is to keep the output voltage ripple at a 

maximum of ∆Vo, regardless of all these operation modes. 
This condition can be satisfied for ∆Q = ∆Qmax, where 
∆Qmax= max(∆Q*

buck, ∆Q*
main, ∆Q*

boost). Using Eqs. (33), 
(34), and (35), we obtain

	 	

(50)

where ∆Q*
buck, ∆Q*

main, and ∆Q*
boost are the calculated val-

ues for the worst cases of the input voltage. ∆Q*
buck, ∆Q*

main, 
and ∆Q*

boost are obtained 62.5μC, 71.111μC, and 66.694μC, 
respectively. Then, ∆Qmax becomes equal to 71.111μC. As 
a result, to keep the voltage ripple across Co below 100mV, 
the minimum value of Co is calculated from Eq. (49) as 
711.11μF.

The circuit parameters of the designed converter are 
presented in Table 3. They will be used in later simulation 
studies.

Computational Analysis
This section presents some computational analysis 

on the ZVS boundaries of primary and secondary side 
bridges and steady-state values for the designed converter. 
First, the minimum operating conditions to operate both 
bridges within the ZVS region have been investigated for 
two extreme points of the input voltage. Whether the rel-
evant bridge will perform soft-switching is determined by 
the boundary load condition, and if the converter operates 
under heavy load conditions, then both bridges always run 
in the ZVS region. In the case of m = 0.8, the phase-shift 
angle for the boundary load condition is calculated as ϕ = 
0.3142 from Eq. (11), and thus the phase-shift ratio d = ϕ/π 
becomes equal to 0.1. Similarly, using Eq. (13), the bound-
ary load condition for m = 1.333 occurs at ϕ = 0.3924 or 
d = 0.1249. Accordingly, the heavy load conditions arise 
when d > 0.1 and d > 0.1249 for m = 0.8 and 1.333, respec-
tively. Further, the normalized average output currents 
for the heavy load conditions d > 0.1 and d > 0.1249 are 
respectively calculated as I̅́2 > 0.2827 and I̅́2 > 0.3434 from 
Eq. (42). This means that the average load current from Eq. 
(26) or Io=NIn I̅́2 (pu) should not fall below 6.249A for m 
= 0.8 and 4.554A for m = 1.333 to operate the converter 
in the ZVS region. If Io < 6.249A for m = 0.8, the light load 
condition occurs, and the primary side bridge performs 
hard-switching. Similarly, the light load condition occurs 
when Io < 4.554A for m = 1.333, and the secondary side 
bridge performs hard-switching. Table 4 summarizes the 
minimum operating conditions to remain the primary and 
secondary bridges in the ZVS region for two extreme points 
of the input voltage.

Second, some open-loop simulations have been realized 
to evaluate the calculated steady-state values. Figure 8 shows 
the open-loop current and voltage waveforms for (m = 0.8), 
1, and 1.333, respectively. The converter was operated under 
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the rated load condition (Io = 10A), and the phase-shift ratio 
corresponding to each m was calculated from Eq. (18) as d 
= 0.1744, 0.2354, and 0.4, respectively. The simulated wave-
forms in Figure 8 are quite analogical compared to the basic 
theoretical waveforms. The instantaneous values I1 and I2 
of the inductor current are calculated by Eqs. (8) and (9), 
and they match the simulated values. It is also seen that the 
peak-to-peak voltage ripple ∆Vo is less than 100mV for each 
operating mode. The comparison of computational and sim-
ulation results is presented in Table 5.

Transformer Turn Ratio Trade-Offs
The transformer turn ratio is a key factor in determining 

the operation modes (buck or boost modes) in a DAB con-
verter, as seen in Eq. (1). When considering the entire power 
range, the turn ratio also plays a vital role in characterizing 

the voltage and current profiles across the total inductor. 
The inductor voltage is the difference between the primary 
and secondary voltages of the transformer, and the slope 

Table 4. Minimum operating conditions to operate both 
bridges within the ZVS region for two extreme points of 
the input voltage

Parameter Value
Vo 5V
V1 36V 60V
m 1.333 0.8
Operating mode Boost Buck
d >0.1249 >0.1
 I̅́2 (pu) >0.3434 >0.2827
Io >4.554A >6.249A
Bridge in the ZVS region Primary side Secondary side

(a) (b) (c)

Figure 8. Simulated open-loop current and voltage waveforms under the rated load condition for (a) Buck (m = 0.8), 
(b) Main (m = 1), and (c) Boost (m = 1.333) operation modes.

Table 5. Computational and simulation results of steady-
state values for m = 0.8, 1, and 1.333

Operating conditions V1 60V Vo 5V
N 9.6 m 0.8
Po 50W d 0.1744

Parameter Calculated values Simulated values
I1 0.538A ≈0.552A
I2 1.733A ≈1.726A
∆Vo ≤100mV ≈21.45mV
Operating conditions V1 48V Vo 5V

N 9.6 m 1
Po 50W d 0.2354

Parameter Calculated values Simulated values
I1 1.362A ≈1.358A
I2 1.362A ≈1.366A
∆Vo ≤100mV ≈33.28mV
Operating Conditions V1 36V Vo 5V

N 9.6 m 1.333
Po 50W d 0.4

Parameter Calculated values Simulated values
I1 2.459A ≈2.454A
I2 1.591A ≈1.584A
∆Vo ≤100mV ≈80.07mV
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of the inductor current is defined by Eq. (2). As shown in 
Figure 2, when V1 = NV2, the slope becomes zero, and the 
inductor current always changes in a trapezoidal profile. 
When V1 > NV2 or V1 < NV2, the inductor current varies 
with the positive or negative value of the slope, and thus the 
current profile contains spikes or peak points as illustrated 
in Figure 3 and Figure 4. The value of the peak currents 
increases dramatically when the mismatch of the voltages 
on both sides of the transformer heightens to a considerable 
degree. The current profile with large peaks increases the 
RMS value of the current across the primary and second-
ary sides. The RMS value of the primary side current can 
be calculated using the waveform of iL in Figure 3(a) and 
expressed as

	 	
(51)

and the RMS value of the secondary side current is Is,rms = 
NIp,rms. To illustrate the relationship between the turn ratio 

and the RMS value of current, three designs meeting the 
main requirements in Table 2 but with distinct turn ratios 
are considered. The first one is the converter designed in 
the previous subsection, and V1

* = 48V, N* = 9.6. The second 
and third designs are respectively realized for V1

* = 40V and 
V1

* = 56V, and the turn ratios N* are found as 8 and 11.2. 
Also, the other circuit parameters for the second and third 
designs are L = 69.12μH, Co = 871.2μF and L = 96.768μH, 
Co = 1500μF, respectively.

The change in the primary RMS current of each design 
through the entire power range is shown separately in Figure 
9 for three input voltages (V1min, V1

*,V1max). The minimum 
RMS current profile in the given designs occurs for V1 = NV2 
or m = 1 through almost the entire power range, and this 
profile decreases proportionally as the value of N increases. 
Moreover, depending on the increasing N value, the RMS 
current profile for the maximum value V1max = 60V of the 
input voltage approaches the minimum current profile. 
The maximum RMS profile occurs when the input voltage 
tends to its minimum value V1min = 36V, and thus the RMS 

(a) (b) (c)

Figure 10. Efficiency curves for three different transformer turn ratios: (a) N = 8, (b) N = 9.6, (c) N = 11.2.

(a) (b) (c)

Figure 9. Change of the primary RMS current for three different transformer turn ratios: (a) N = 8, (b) N = 9.6, (c) N = 11.2.
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currents increase significantly. This is an important trade-off 
to consider when determining the transformer turn ratio. A 
high RMS current profile results in increased power losses in 
the transformer. For a given core size, higher voltage or cur-
rent increases core losses, and a saturation problem may also 
be observed. Higher current leads to larger resistive losses, 
possibly leading to more heating in the windings. All these 
negatively affect the overall efficiency of the converter. Figure 
10 depicts the converter efficiencies at similar operating con-
ditions for these three designs. The efficiency analysis was 
conducted using Simcape Electrical Toolbox in Matlab. The 
dead time is taken as 100ns. As expected, the simulated effi-
ciency curves change inversely with the RMS current profiles 
in Figure 9.

The transformer turn ratio can also be used to configure 
the ZVS operating region of the converter. The minimum 
average output current that allows the converter to oper-
ate in the ZVS region decreases as the voltage conversion 
ratio m approaches one. This variation for the first design 
(N = 9.6) is depicted with red curves in Figure 11. For the 
other two designs (N = 8 and N = 11.2), they are plotted on 
the same figure with green and blue curves, respectively. By 
examining Figure 11, it can be concluded that the designer 
can modify the value of V1

* depending on the operating 
conditions to keep the converter in the ZVS region. For 

example, if the converter operates mostly at low input volt-
ages under different load conditions throughout the entire 
operating period, then V1

* can be chosen closer to the min-
imum input voltage. Such a case is presented in Figure 11 
with green curves for V1

* = 40V. Thus, the required load 
current to stay in the ZVS region further reduces for 36V 
< V1 < 43.818V when compared to the first design (i.e., 
the ZVS operation range widens); however, the minimum 
load current increases for input voltages higher than V1 = 
43.818V (i.e., the ZVS operation range narrows). On the 
contrary, as the turn ratio increases, this time, the ZVS 
operating range becomes wider for the inputs close to the 
maximum input voltage (see blue curves in Figure 11). The 
point to be noted here is that high RMS current levels will 
occur at around the minimum values of the input voltage 
due to the increasing turn ratio, as deduced from Figure 9. 
The designers are advised to consider this trade-off when 
determining the turn ratio.

The above considerations highlight the importance 
of determining an optimum transformer turn ratio based 
on operating conditions. The trade-offs associated with 
selecting an optimum turn ratio affect various aspects of 
converter performance, including RMS current levels, effi-
ciency, heating, and ZVS operating range.

Practical Challenges
In real-world applications, several practical challenges 

can arise due to component non-idealities, high-frequency 
transformer design, sensing mechanism noise, thermal 
management, and switch current ratings. These signifi-
cantly affect the performance, reliability, and longevity of 
the converter. The following introduces a brief description 
of these difficulties:

Component Non-Idealities: All electronic components 
such as resistor, capacitor, and semiconductor devices can 
never exhibit ideal theoretical behavior. Non-ideal behav-
iors typically stem from manufacturing imperfections, 
nonlinear characteristics, and environmental factors. 
Tolerance, aging, parasitic effects, and temperature depen-
dence of components are only some of their non-idealities.

High-Frequency (HF) Transformer Design: HF 
transformer design involves unique challenges due to the 
complex interplay of electrical, magnetic, thermal, and 
mechanical factors. At high frequencies, core losses (hys-
teresis and eddy current losses) reduce efficiency and 
generate heat. Hysteresis losses can be mitigated by using 
core materials, such as ferrites or nanocrystalline alloys. 
Similarly, using laminated or powdered cores can reduce 
eddy current losses. Ferrite cores are commonly preferred 
in high-frequency designs because of their high resistiv-
ity. High-frequency currents also tend to increase winding 
losses (skin and proximity effects). The skin effect causes a 
decrease in the effective cross-sectional area and an increase 
in the AC resistance. To reduce losses due to the skin effect 
at high frequencies, Litz wire can be used instead of solid 
copper wire in the windings. The proximity effect causes 

Figure 11. Variation of the minimum average output cur-
rent required for ZVS to the input voltage.
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non-uniform current distribution and additional losses. 
This can be somewhat reduced at high frequencies by 
optimizing winding geometry or using interleaved wind-
ings. The transformer parasitic capacitances (inter-wind-
ing capacitance and winding self-capacitance) result in 
unwanted resonances and signal distortion, and their 
effects become more intense at high-frequency operation. 
To minimize the effects of parasitic capacitances, shield-
ing layers between windings and techniques like sectional 
winding can be used. Finally, high-frequency transformers 
generate electromagnetic interference (EMI), which can 
disrupt nearby electronics and violate regulatory and safety 
standards. Shielding and filtering techniques can be imple-
mented to reduce EMI.

Sensing Mechanism Noise: Measuring physical quan-
tities such as current and voltage is critical to all power 
electronics circuits, but the accuracy and reliability of mea-
surements can degrade when they are subject to noise and 
interference. Sensing mechanisms are susceptible to noise 
from various sources, such as thermal noise, shot noise, 
and EMI. Quantization noise is another factor that occurs 
during the process of converting an analog signal into dig-
ital form and limits measurement resolution and accuracy, 
especially in high-precision applications. Besides, environ-
mental interference like temperature fluctuations, humidity, 
or vibrations and cross-talk between different sensor lines 
or components can cause noise or drift in sensor readings.

Thermal Management: Many electronic components, 
especially semiconductor devices, generate considerable 
heat during operation at high frequencies under high 
power. The produced heat should be effectively dissipated 
without allowing critical components to exceed their ther-
mal limits. Otherwise, it can lead to failure, reduced effi-
ciency, and even permanent damage. Therefore, it is critical 
to balance heat generation and dissipation to ensure safe 
operation. The heat dissipation method varies depending 
on power rating, design dimensions, and design purposes, 
but it generally involves using passive methods like heat 
sinks or active methods like fans or liquid cooling systems.

Switch Current Rating: To operate a switch within its 
safe limits, it is also necessary to consider its voltage and 
current ratings along with its power dissipation capacity 
and thermal management. The current rating of a DAB 
converter is determined by the total inductance design, and 
real designs usually focus on this aspect. The maximum 
value of the inductance that will provide the maximum 
output power was obtained in the Design Guidelines sub-
section. Choosing a smaller inductance than its maximum 
value brings a high current impact on the transformer and 
switches. This is illustrated in Figure 12, which gives the 
variations of the primary and secondary side RMS currents 
to the total inductance. The simulation results are obtained 
for N* = 9.6 and three switching frequencies (15, 30 and 
50kHz) at the maximum output power, considering only 

(a) (b)

Figure 12. Variations of the RMS currents to the total inductance; (a) for the primary side bridge, (b) for the secondary 
side bridge.
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the two extreme points of the input voltage. As can be seen, 
the maximum value of the inductance increases to ensure 
the maximum output power at low switching frequencies. 
In fact, Figure 12 also refers to the current rating limits 
within which a switch can operate without causing dam-
age or failure. For example, let IRF830A Power MOSFET 
for the primary side bridge and IRFP460B Power MOSFET 
for the secondary side bridge be selected as the switching 
devices. Both MOSFETs can withstand a voltage of 500V 
and exhibit a good voltage-blocking capability for the pres-
ent design. On the other hand, the IRF830A can handle 
continuous drain currents of 5A at TC = 25°C and 3.2A at 
TC = 100°C at the most. These currents for the IRFP460B 
are 20A and 13A at TC = 25°C and 100°C, respectively. TC 
is the case temperature of MOSFET. These current endur-
ances are relatively low, and therefore the inductance value 
should be selected carefully. For this, the current limitations 
of MOSFET devices are also shown in Figure 12. If the pri-
mary side MOSFET is switched at 15kHz, the inductance 
must be between 24.11μH and 276.48μH to safely meet the 
50W power requirement. Under poor thermal manage-
ment, device failures may occur for the inductance values 
selected between 24.11μH and 39.29μH. Thus, it is recom-
mended not to choose a small inductance for low switch-
ing frequencies. Similarly, if the secondary side MOSFET is 
operated at 15kHz, the current exceeds the threshold when 
L < 69.6μH, and it is damaged during maximum power 
transmission. More importantly, the device is likely to fail 
under bad thermal management, especially for input volt-
age V1 = 36V. This issue can also be experienced at other 
switching frequencies. Thus, to guarantee safe operation, 
it is recommended to select a MOSFET with a continuous 
drain current greater than 16.96A at TC = 100°C.

CONTROL STRATEGIES

The study discusses five different PI-based control strat-
egies, namely TVL, LCFF, e-MPS, DP, and VDP controls, as 
well as MPS control. These are briefly examined for unidi-
rectional power flow, where the secondary side bridge feeds 
a passive load. Figure 13 shows the block diagram of all 
these control schemes.

Traditional Voltage Loop (TVL) Control: The block 
diagram of the TVL control scheme is shown in Figure 
13(b). This traditional scheme comprises a simple voltage 
loop. The desired phase-shift ratio is generated from the 
proportional gain of the output voltage error. The inte-
gral gain can be used to cope with the nonlinearities in 
the relationship and to improve the generated phase-shift 
ratio. Thus, the desired phase-shift ratio d* is directly pro-
duced as

	 	 (52)

where vo
* is the desired output voltage. kp and ki are the 

proportional and integral coefficients, respectively. In this 
scheme, only measuring the actual output voltage is suf-
ficient to achieve voltage control. The TVL control can 
exhibit a fast dynamic response to the output voltage step 
change, however, the response is substantially slower when 
there is a change in the load current.

Load Current Feed-Forward (LCFF) Control: To elim-
inate the slow load transient response during voltage mode 
control, the TVL control scheme can be improved by com-
bining it with the load current feedforward. This scheme 
has a cascade structure that consists of an inner current 
loop and an outer voltage loop. The block diagram of the 
LCFF control is given in Figure 13(b), where the desired 
phase-shift ratio is generated as

	 	 (53)

where k is the feedforward gain. It is clear from Eq. (53) 
that the load current needs to be measured as well as the 
output voltage to implement it. With the LCFF control, a 
better dynamic response can be achieved under load varia-
tions compared to the TVL control.

Model-Based Phase-Shift (MPS) Control: According 
to the MPS control [46,47], the desired phase-shift ratio is 
derived from Eq. (24) as

	 	
(54)

To evaluate Eq. (54), the load resistance should be esti-
mated online. Simply, it is identified as RL = vo ⁄ io [50], and 
the substitution of it into Eq. (54) leads to

	 	
(55)

It is obvious from Eq. (55) that the desired phase-shift 
ratio is dependent on the inductor L, the transformer turn 
ratio N, and the switching frequency fs. Thus, to calculate 
the value of d* with high accuracy, these parameters should 
be extremely accurate. Further, it is also necessary to sense 
the load current and input voltage precisely. Otherwise, 
all of them cause the phase-shift ratio to be incorrect and 
hence the output voltage control to deteriorate. The block 
diagram of the MPS control scheme is given in Figure 
13(c). In practice, the large output filter capacitor pre-
vents the output voltage from varying immediately when 
the load resistor changes. This slow rate of change in the 
voltage affects the estimation performance of the load resis-
tance. Thus, the MPS control can exhibit a relatively poor 
dynamic response to the load current changes, particularly 
step changes.
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To improve the dynamic performance, especially at light 
loads, a PI controller is adopted for this scheme [46,47], as 
given in Figure 13(d). The output of the controller ∆d is 
defined by

	 	 (56)

and the enhanced phase-shift ratio is then d = d* + ∆d, 
where d ∈ [0,0.5]. For the e-MPS scheme, the load resis-
tance can be estimated from Eq. (24) as follows [46]:

	 	 (57)

Combining Eq. (54) with Eq. (57) yields

	 	
(58)

where dinit is an arbitrary initial value. In this scheme, 
the desired phase-shift ratio is independent of constant 
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Figure 13. Control schemes for DAB converter; (a) DAB converter and measurement points, (b) TVL and LCFF control, 
(c) MPS control, (d) e-MPS control, (e) VDP control, (f) DP control.
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parameters, and only sensing the output voltage is sufficient 
to estimate it. The disadvantage is that dinit is set arbitrarily 
and cannot be changed later. Thus, the PI controller should 
be designed more carefully to compensate for it, otherwise 
the incorrectly identified d* emerges as a large error in the 
output.

Direct Power (DP) Control: From Eq. (20), the unified 
transmission power is

	 	
(59)

and solving Eq. (59) for the desired output power p2
*, the 

desired phase-shift ratio is determined as

	 	

(60)

As in Figure 6(a), the desired output power is,

	 	 (61)

where vo is relatively constant at steady-state, and dvo ⁄ dt is 
close to zero. However, this term appears during transient 
states such as voltage and load variation. Generally, dvo ⁄ dt 
can be approximated by ∆vo ⁄ Ts , where Ts is the sampling 
(or switching) period. Since the change of the output volt-
age along Ts is ∆vo = vo

* - vo, Eq. (61) can be interpreted [48] 
as

	 	 (62)

where the proportional controller compensates for the first 
term of Eq. (61), and kp should be chosen smaller than 
voCo ⁄ Ts to guarantee stability. Moreover, to improve the 
dynamic performance, an integral controller is also added 
to this scheme. Consequently, the desired value of d for p2

*  

> 0 is calculated from Eq. (60) by

	 	
(63)

It is clear from Eq. (63) that d* is dependent on con-
stant parameters, such as L, N, and fs. It is also necessary to 
feed forward the load current and input voltage precisely. 
The block diagram of the DP control scheme is presented 
in Figure 13(f).

Virtual Direct Power (VDP) Control: In the VDP con-
trol [50], the unified transmission power is defined without 
fixed parameters L, N, and fs. From Eq. (59), it is

	 	 (64)

and the desired phase-shift ratio is determined as

	 	

(65)

where p2
* is the virtual desired output power. For unidirec-

tional power flow, it is expressed as,

	 	 (66)

and

	 	
(67)

	 	
(68)

where vv
* is the virtual desired output voltage, and io

* is the 
desired load current. As seen above, the virtual voltage vv

* is 
generated from a PI controller. Thus, it allows us to adjust 
the output voltage. Substituting Eq. (68) into Eq. (66) yields

	 	
(69)

Then, the desired value d for p2
* > 0 is calculated from 

Eq. (65) by

	 	
(70)

Unlike the MPSC and DPC schemes, the VDP con-
trol scheme is insensitive to the parameters L, N, and fs. 
Nevertheless, it requires additional measurements for the 
load current and input voltage feedforward as in the others. 
The block diagram of the VDP control scheme is shown in 
Figure 13(e).

The major differences and strengths of the control strat-
egies are summarized comparatively in Table 6. In addition, 
each control strategy balances the transient and steady-
state performance of the converter as follows:
•	 PI controllers in the TVL and LCFF schemes compen-

sate for the error between the actual and desired output 
voltage, and they are used to generate the phase-shift 
ratio directly. In the LCFF control, the closed-loop out-
put impedance is reduced by a load current feedforward, 
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thus providing a faster transient response during load 
current changes compared to the TVL control.

•	 There is no controller in the MPS scheme, and the 
desired phase-shift ratio is always calculated from out-
put voltage, input voltage, and load current feedforward 
as well as circuit parameters. The transient and steady-
state responses are highly dependent on measured 
quantities and circuit parameters, especially load resis-
tor. The e-MPS scheme is an improved version of MPS 
control. The output of the PI controller in the e-MPS 
scheme is used as a correction term to enhance the cal-
culated phase-shift ratio from the MPS scheme. Thus, 
the e-MPS control exhibits better dynamic performance 
compared to the MPS control. However, in both control 
schemes, a steady-state error may be observed since the 
desired phase shift ratio is still calculated depending on 
circuit parameters.

•	 PI controllers in the DP and VDP schemes is used to 
compensate for the difference between the calculation 
model and the physical model. The output of the PI 
controller in the DP scheme is used as a correction term 
to regulate the desired output power, and the phase-
shift ratio is then estimated from this corrected output 
power. The calculation model is highly dependent on 
the measured quantities and circuit parameters, and 
thus this can cause a steady-state error to be observed. 
Finally, the VDP scheme is based on the virtual output 
voltage, and the phase shift ratio is estimated from this 
virtual voltage, which is included in the calculation and 
adjusted by the PI controller to obtain the desired out-
put voltage. The dynamic performance of VDP control 
is free of circuit parameters, but the calculation model is 
affected by sampled quantities.

SIMULATION RESULTS

Some simulation studies will now be presented to 
investigate and compare the dynamic performance of the 
given control strategies. To make a fair comparison, all con-
troller parameters are optimized using Artificial Rabbits 
Optimization (ARO) algorithm developed in [61]. The 
ARO is a bio-based metaheuristic algorithm inspired by 
the survival strategies of rabbits in nature. Compared with 
some classical and latest optimizers, it generally performs 
better in solving benchmark functions and engineering 
problems. It has many superiorities, such as faster conver-
gence, lower computational demand, and higher accuracy. 
In this study, the ARO algorithm is used to find the con-
troller parameters that minimize the integral time absolute 
error (ITAE) performance criterion:

	 	
(71)

where e is the error signal. In the simulations, the control 
sampling time is chosen to be equal to the switching fre-
quency, that is, the phase-shift ratio is updated at the end of 
each switching period. The optimized controller parame-
ters for each control scheme are given in Table 7.

Some performance metrics, such as settling time ts, per-
centage overshoot Mp, steady-state error ess, output voltage 
ripple at steady-state ∆Vo, and ITAE index, will be used to 
compare the transient and steady-state responses of con-
trol strategies. The performance comparisons will be per-
formed for step variations in input voltage, load, and output 
voltage. These case studies are given as follows:

Case 1: The first case study is conducted to investigate 
the dynamic performance of the control strategies under 

Table 6. General comparison of PI-based control strategies

Control 
strategies

Implementation 
complexity

Implementation cost Robustness against 
parameter variation

Dynamic performance

TVLC Very Low Low, 1 sensor Good Good
LCFFC Low Medium, 2 sensor Good Better
MPSC Low High, 3 sensor Poor Poor
e-MPSC Medium High, 3 sensor Good Best
DPC High High, 3 sensor Average Good
VDPC High High, 3 sensor Better Best

Table 7. Optimized controller parameters for the given control strategies

Parameters TVLC LCFFC MPSC e-MPSC DPC VDPC
kp 0.2222 0.3282 - 0.7524 95.0222 3.1027
ki 706.9534 697.1387 - 32.75 34.4461 13103
k - 0.0122 - - - -
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the load step changes. The simulation parameters are set as 
V1 = 48V, Vo

* = 5V, and RL = 0.5Ω. Initially, the converter is 
operated under rated power. The load resistance steps from 
0.5 to 1Ω at t = 0.01s, and conversely at t = 0.03s. Figure 
14 shows the output voltage and current responses for each 
control scheme. The transient response characteristics 
of the output voltage during start-up process are given in 
Table 8. Similar transient response and steady-state charac-
teristics during load changes are also presented in Table 9.

From Table 8, the best transient response during 
start-up process is achieved by the LCFF control with a set-
tling time of 0.521ms. While the VDP control provides the 
second-best response with an overshoot of 4.599%, the lon-
gest settling time also seems to be in the MPS control. From 
Table 9 and Figure 14, the e-MPS control exhibits the fastest 
dynamic performance during load step changes compared 
to the others. The largest overshoot and settling time exist in 
the TVL control, followed by the MPS and LCFF controls, 
respectively. The dynamic performance of the DP control 

Table 8. Obtained transient response characteristics during start-up process

TVLC LCFFC MPSC e-MPSC DPC VDPC
Overshoot, Mp(%) 0.389 0.712 0.079 6.770 0.278 4.599
Settling Time, ts (ms) 0.741 0.521 1.521 0.789 0.781 0.670

Table 9. Obtained transient response and steady-state characteristics during load current step changes

Load Current TVLC LCFFC MPSC e-MPSC DPC VDPC
10A to 5A Mp (%) 10.250 6.187 5.372 3.070 5.563 5.691

ts (ms) 0.599 0.420 0.699 0.026 0.075 0.146
ess (mV) 0 0 8.164 0.425 0.398 0
∆Vo (mV) 18.27 18.27 18.15 18.15 18.27 18.28
ITAE (× 10-6) 1.988 1.125 4.686 0.267 0.328 0.601

5A to 10A Mp (%) 9.193 6.270 6.127 3.999 6.026 6.184
ts (ms) 0.771 0.611 0.651 0.041 0.291 0.112
ess (mV) 0 0 15.003 0.277 5.841 0
∆Vo (mV) 59.95 59.95 59.21 59.94 59.59 59.87
ITAE (× 10-6) 5.844 3.281 8.103 0.256 3.499 0.991

Figure 14. Simulated responses of output voltage and current during load step changes.
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during the load change from 10A to 5A is quite good, while 
it could not exhibit a similar performance as expected 
in the load change from 5A to 10A. However, these two 
responses are still better than those of the TVL, LCFF, and 
MPS controls. As a result, the best transient responses have 
been achieved by the e-MPS and VDP controls, respec-
tively. All control strategies have almost the same peak-to-
peak ripples (≈ 18mV and ≈ 59mV for each step change, 
respectively) in the output voltage. It is further seen from 
Table 9 that the VDP control has better steady-state perfor-
mance than other control methods when the ITAE index 
and steady-state error are evaluated. The obtained transient 
and steady-state results are represented with spider charts 
in Figure 15 to enable an illustrative comparison among the 
control strategies.

Case 2: The second case study is done to examine the 
dynamic performance of the control strategies under the 
input voltage step changes. The simulation parameters are 
initially set as V1 = 48V, Vo

* = 5V, and RL = 0.5Ω. Recall that 
the converter is designed for input voltages within the range 
of 36V < V1 < 60V. Hence, the worst conditions, that is only 
two extremes of the input voltage, have been considered in 

the simulation. First, the input voltage steps down from 48 
to 36V at t = 0.01s, and then steps up form 36 to 60V at 
t = 0.03s. Figure 16 shows the output voltage and current 
responses for each control scheme. The transient response 
and steady-state characteristics of the output voltage during 
input voltage changes are given in Table 10.

From Table 10 and Figure 16, the TVL and LCFF con-
trols have the longest settling time of over 1ms in both the 
input voltage step-down and step-up conditions, and the 
largest overshoot rate is also observed compared to the 
others. Furthermore, the e-MPS control almost keeps the 
output voltage constant at the desired value with minimum 
settling time and overshoot. Consequently, it can be said 
that the e-MPS control exhibits an excellent dynamic per-
formance during input voltage step changes, followed by 
the VDP, DP, and MPS controls, respectively. The lowest 
ripples in the output voltage (roughly 12mV) are observed 
for the TVL and LCFF controls when the input voltage is 
stepped down. All control strategies produce almost the 
same ripples around 32mV in the case that the input voltage 
is stepped up. Table 10 shows that the VDP control has still 
better steady-state performance when the ITAE index and 

Table 10. Obtained transient response and steady-state characteristics during input voltage step changes

Input voltage TVLC LCFFC MPSC e-MPSC DPC VDPC
48V to 36V Mp (%) 8.109 7.317 2.833 2.233 3.180 3.625

ts (ms) 1.292 1.472 0.252 0.072 0.232 0.172
ess (mV) 0 0 51.034 6.851 23.308 0
∆Vo (mV) 12.18 12.32 118.28 121.86 119.29 123.55
ITAE (× 10-6) 2.627 2.693 20.553 3.402 9.435 0.102

36V to 60V Mp (%) 17.301 14.939 4.566 2.699 5.552 6.067
ts (ms) 0.849 1.029 0.329 0.090 0.073 0.130
ess (mV) 0 0 23.676 6.654 2.173 0
∆Vo (mV) 32.25 32.25 32.84 31.76 32.23 32.14
ITAE (× 10-6) 10.248 10.433 9.571 2.859 1.064 0.624
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Figure 15. Spider charts for performance comparison of control techniques under load current step changes.
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steady-state error are considered. Similar spider charts for 
the input voltage step changes are presented in Figure 17 to 
make it easy to evaluate the obtained results. 

Case 3: The final case study aims to compare the 
dynamic performance of the control strategies under the 
desired output voltage step changes. The simulation param-
eters are now set as V1 = 48V, Vo

* = 5V, and R L= 1Ω. The 
desired output voltage steps from 5 to 7V at t = 0.01s, and 
subsequently steps down from 7 to 3V at t = 0.03s. Figure 
18 shows the output voltage and current responses for each 
control scheme. The transient response and steady-state 
characteristics of the output voltage during its desired step 
changes are given in Table 11.

From Table 11 and Figure 18, the slowest transient 
response is obtained by the MPS control with settling times 
of 2.061 and 3.190ms. For the output voltage step-up con-
dition, the fastest transient responses are achieved by the 
e-MPS, LCFF, VDP, TVL, and DP controls, respectively. 
However, for the output voltage step-down condition, the 
TVL, e-MPS, DP, LCFF, and VDP controls provide the fast-
est transient responses, respectively. As seen in Figure 18, 
the TVL and LCFF controls respond faster than the DP and 
VDP controls, but their settling times are long because of 
the large overshoot rate. Consequently, it can be said that 
the e-MPS control will be a good choice to regulate the out-
put voltage when considering the overshoot rates. For step 
change from 5V to 7V, the ripple in the output voltage is 

Figure 16. Simulated responses of output voltage and current during input voltage step changes.
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Figure 17. Spider charts for performance comparison of control techniques under input voltage step changes.
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around 60.8mV for the e-MPS control, and this is relatively 
low compared to the ripple voltages (≈75mV) achieved 
for other control strategies. The output voltage ripples are 
almost the same for the other step change, and it is about 

18mV. Table 11 shows that the LCFF control has better 
steady-state performance when considering the ITAE index 
and steady-state error. Similar spider charts for the output 
voltage step changes are presented in Figure 19.
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Figure 19. Spider charts for performance comparison of control techniques under output voltage step changes.

Figure 18. Simulated responses of output voltage and current during its desired step changes.

Table 11. Obtained transient response and steady-state characteristics during output voltage step changes

Output Voltage TVLC LCFFC MPSC e-MPSC DPC VDPC
5V to 7V Mp (%) 3.850 2.202 0 0.558 0.549 0.789

ts (ms) 0.635 0.365 2.061 0.191 0.891 0.491
ess (mV) 0 0 27.081 0.458 7.022 0
∆Vo (mV) 77.06 77.06 75.83 60.80 74.93 74.95
ITAE (× 10-6) 3.500 3.148 24.244 2.433 8.201 3.887

7V to 3V Mp (%) 6.004 2.776 0 0.736 3.399 5.099
ts (ms) 0.503 0.830 3.190 0.750 0.806 1.364
ess (mV) 0 0 0.518 1.351 0.341 0
∆Vo (mV) 18.27 18.27 18.22 18.30 18.26 18.22
ITAE (× 10-6) 6.652 4.636 52.405 3.452 8.933 13.314
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According to Figures 15, 17, and 19, an overall perfor-
mance comparison that rates the control strategies against 
each other can be given in Table 12. From Table 12, it is 
easy to deduce that the e-MPSC scheme exhibits the best 
dynamic performance among other schemes, and the sec-
ond-best performance is achieved with the VDPC scheme.

CONCLUSION

This paper offers a comprehensive overview of operation 
modes, steady-state analyses, design recommendations, and 
PI-based control strategies of the single-phase-shift DAB 
converter. The operating modes have been distinguished in 
accordance with the phase-shift angle, load conditions, and 
voltage conversion ratio. In general, three distinct opera-
tion modes occur based on the voltage conversion ratio m, 
and in this study, they are called main (m = 1), buck (m < 
1), and boost (m > 1). It is observed that various inductor 
current waveforms occur for the buck and boost operation 
modes depending on the output current, however, for the 
main operating mode, the inductor current is always trape-
zoidal regardless of the load conditions. For this reason, the 
buck and boost modes are further divided into two sub-op-
eration modes by a boundary condition, and in this study, 
these are referred to as heavy and light load conditions. By 
performing a detailed steady-state analysis of the inductor 
current, the boundary condition, i.e., the phase-shift angle 
at which the boundary load condition occurs, has been 
obtained separately for buck and boost modes. It can be 
said that the studies mentioned so far are actually comple-
mentary to the previous studies in literature.

This paper also reports a detailed analysis of the output 
voltage ripple and a simple analysis of the soft-switching 
region. The output ripple analysis is important to determine 
the output filter capacitor. Unlike the previous studies, the 
ripple analysis has been realized individually for each oper-
ating mode (m = 1, m < 1, and m > 1) and only for heavy 
load conditions in this study. Furthermore, the soft-switch-
ing analysis has revealed that the ZVS is lost when the con-
verter operates under light load conditions, and it is more 
possible to ensure the ZVS under heavy load conditions. 
Finally, this paper proposes some design recommendations 
that can allow a wider ZVS operation range, especially for a 

wide input voltage range. More importantly, it also presents a 
comparative analysis of optimized PI-based control strategies 
for a DAB converter with SPS modulation. The simulation 
studies show that the e-MPS control exhibits a fast dynamic 
response under the load current, input voltage, and desired 
output voltage step change conditions. The second-best per-
formance has been achieved with the VDP control.
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